Abstract: In multi-carrier optical transmission systems, availability of a transponder decreases in accordance with the increase in the number of optical modules comprising the transponder. In this paper, we clarify promising schemes to improve availability by comprehensively comparing them. We first clarify the condition under which availability problems become apparent by analyzing the basic trend in availability. Then, we compare the improvement in availability and difficulty in transmission system development. As a result, we showed that the Pool scheme, where the small amount of shared backup optical modules are implemented to avoid transponder failure, is promising since it effectively increases availability with a small amount of additional optical modules and has enough feasibility. Keywords: multi-carrier optical transmission, availability improvement Classification: Transmission Systems and Transmission Equipment for Communications
Introduction
Multi-carrier transmission technology, with which a large amount of client traffic is transmitted using multiple channels called sub-carriers, is regarded as promising to accommodate continuously growing traffic demand [1] . In multi-carrier transmission systems, a transponder is composed of a number of optical modules equal to that of sub-carriers. Assuming that each optical module fails at a certain probability, availability of a transponder decreases in accordance with the increase in the number of optical modules comprising the transponder.
In this paper, we clarify promising schemes to improve availability of multicarrier transmission systems by comprehensively comparing them. We first clarify the condition under which availability problems become apparent by analyzing the basic trend in availability of multi-carrier transmission systems. Then, we compare the improvement in availability and difficulty in transmission system development based on two major schemes: (a) client traffic is continuously transmitted using only non-failed sub-carriers (Polishing scheme) and (b) the small amount of shared backup optical modules are implemented to avoid transponder failure (Pool scheme). As a result, we showed that the Pool scheme is promising since it effectively increases availability with a small amount of additional optical modules and has enough feasibility.
Availability of multi-carrier optical transmission systems
In a multi-carrier transmission system, client traffic is transmitted at X Ã n Gbps using n sub-carriers, each of which transmits the signal at X Gbps. The structures of a multi-carrier transmission systems and transponders are illustrated in Fig. 1(a) . A transponder is composed of a framer and n optical modules. Client traffic is divided into n signals by a framer on the sender side. Each divided signal is transmitted through an optical module. Note that the standardization discussion of beyond 100G OTN (Optical Transport Network) in ITU-T has currently proceeded according to the policy where partial failure in a transponder is treated as failure of the entire transponder. Thus, in Normal scheme, communication between a pair of transponders becomes completely unavailable if any of optical modules fails.
Assuming that each optical module fails at a certain probability, unavailability of communication between a pair of transponders is formulated with the following equation. Here, α, F , n, MTBF and MTBF F correspond to unavailability of an optical module, that of a framer, the number of optical modules, mean time between failure of an optical module, and that of a framer, respectively. MTTR corresponds to the mean time to repairer of both of an optical module and a framer. If two systems are operated under the redundant mode as shown in Fig. 1(a) , unavailability is the square of P normal in Eq. (1) . The redundancy can be achieved by OTN/ODU (Optical channel Data Unit) protection switching or IP rerouting. Fig. 1(b) illustrates unavailability and number of sub-carriers. In the case of two sub-carriers, the increase in unavailability does not cause a serious problem since unavailability is only twice as large as that in a single carrier for nonredundant. However, unavailability increases along with an increase in the number of sub-carriers. For example, in the case of 5 sub-carriers, unavailability becomes 5 times as large as that for non-redundant and 25 times as large as that for redundant.
Thus, a countermeasure against increasing unavailability due to the number of sub-carriers has become essential to keep unavailability as small as that of current single carrier transmission system at least.
Schemes to improve availability of multi-carrier optical transmission system
Assuming that optical modules, the number of which in a transponder is large, form a bottleneck in availability of a multi-carrier transmission system, there are two schemes for improving such availability: (a) client traffic is continuously transmitted using only non-failed sub-carriers (Polishing scheme) and (b) the small amount of shared backup optical modules are implemented to avoid transponder failure (Pool scheme). Fig. 2 (a) illustrates the Polishing scheme. This scheme uses n optical modules to transmit client traffic at X Ã n Gbps. When m (m < n) optical modules fail, X Ã ðn À mÞ Gbps of client traffic is continuously transmitted using available optical modules, while the rest is discarded.
In the Polishing scheme, unavailability, where more than X Ã m Gbps are discarded, is the probability that more than m sub-carriers are unavailable. This probability is formulated with the following equation. 
Fig . 2(b) illustrates the Pool scheme. This scheme uses additional Án shared backup optical modules in addition to n working optical modules to transmit client traffic at X Ã n Gbps. When the optical module i fails at one side of a pair of transponders, all client traffic is transmitted continuously by assigning the signal that is originally assigned to optical module i to one of the shared backup optical modules in the transponder. Note that all client traffic is discarded if Án þ 1 optical modules fail at either side of a pair of transponders. Several detailed schemes of the Pool scheme have been proposed by Tanaka et al. [2] and Hirano et al. [3] .
In the Pool scheme, unavailability is formulated with the following equation.
4 Analysis on effectiveness and difficulty in transmission system development First, we evaluated availability. In the evaluation, n, Án, MTBF, and MTTR were set to 5, 1, 20,000 hours, and 2 hours, respectively. We first focused on failure of optical modules, and we set F at 0. Fig. 3 (a) shows the number of optical modules and unavailability. The horizontal broken lines show unavailability for a single carrier (n ¼ 1). In the case of non-redundant mode, unavailability for Normal becomes higher than that for a single carrier. Fig. 3(b) shows the scale of failure, which is defined by m=n as described in Eq. (2) , and unavailability. With the Polishing scheme, unavailability varies in accordance with the scale of failure. In Fig. 3(a) , the possible range of unavailability with the Polishing scheme is shown with a red arrow. Unavailability for small failure (m=n ¼ 1=5), where one of optical modules in a transponder fails, remains as high as that for Normal and becomes higher than that for a single carrier, while unavailability for large failure decreases greatly since multiple failure scarcely happens. For these reasons, improvement in availability with the Polishing scheme is limited. In contrast, with the Pool scheme, unavailability decreases drastically and remains significantly lower than that for a single carrier, though the number of optical modules increases slightly due to additional shared backup. Fig. 3 (c) shows unavailability and the ratio of framer's MTBF to optical module's MTBF. Regardless of the ratio of framer's MTBF to optical module's MTBF, with the Pool scheme, unavailability decreases almost constantly compared to other schemes. Due to the limitation of space, although we showed results only for 5 sub-carriers, with the Pool scheme, unavailability decreases, regardless of the number of sub-carriers. Note that the trend in availability in the case of redundant mode is the same as that in the case of nonredundant mode. We then discuss difficulty in transmission system development. In the recommendation ITU-T G.709, a client signal is mapped into an ODU. This ODU signal is mapped into an OTU. Since an OTU can accommodate multiple ODU signals, we consider two cases: (1) client traffic is transmitted at X Ã n Gbps using an ODU, and an OTU accommodates the only one ODU signal (single ODU case), (2) multiple groups of client traffic, each of which is transmitted at less than or equal to X Gbps, are transmited using their dedicated ODUs, and an OTU accommodates multipe ODU signals (multiple ODU case). For the Polishing scheme, in the single ODU case, the establishment of operations, administration, and maintenance (OAM) and alarm transfer methods for variable bandwidth links are required. In addition, the management of traffic priority and the functionality to distribute traffic based on the priority considering the structure of data packets accommodated in the payload of the traffic are also required to select some client traffic to discard in the case of failure. In the multiple ODU case, the management of the priority of ODU signals and the functionality to re-assign ODU signals are still required to select some ODU signals to discard in the case of failure, although the management of the traffic priority considering the structure of data packets is no longer required.
In contrast, the Pool scheme requires only the implementation of the functionality to switch over from the failed optical module to the shared backup optical module regardless of the above-mentioned cases.
As a result, the Pool scheme is promising to improve availability of multicarrier transmission systems since the scheme effectively increases availability with a small amount of additional optical modules and has enough feasibility.
Conclusion
In multi-carrier transmission systems, availability of a transponder decreases in accordance with the increase in the number of optical modules comprising the transponder. In this paper, to clarify the promising schemes of improving availability, we comprehensively compared them based on the trend in availability and difficulty in transmission system development. As a result, we showed that the Pool scheme is promising since it increases availability more than that for a single carrier with only one additional shared backup optical module in each transponder and has enough feasibility. Abstract: In this paper, in order to improve the reliability of Ethernet communication, the effect of pulse disturbances on the communication quality of 100BASE-TX was evaluated experimentally. A relationship between the threshold level of Ethernet and disturbances affecting communication quality was revealed when the amplitude and width of the pulse disturbance were changed. A disturbance in which the pulse width was the same as 1 bit time of the signal degraded the communication quality the most. These findings should help in the effort to apply Ethernet to automotive area network. Keywords: Ethernet, 100BASE-TX, communication quality, pulse disturbance Classification: Energy in Electronics Communications
Introduction
Automotive Ethernet has been attracting great attention in recent years. This is because Ethernet achieves faster communication than conventional means in automotive area network, such as controller area network (CAN) [1] . In addition, because Ethernet is already prevalent in local area network, it would be easy to introduce it into the automotive area network. At present, BroadR-Reach is being used as automotive Ethernet technology, and it has been standardized in 100BASE-T1 [2] .
Although high reliability and safety is needed in the automotive area network, the communication quality of high-speed Ethernet does not yet satisfy these requirements. Shielding the signal line is an effective method for improving the required reliability and safety. However, when taking the weight and the cost of a car into account, it is necessary to reduce the number of cables. Therefore, automotive Ethernet needs to be able to meet the reliability and safety requirements without shielding.
The purpose of this study is to clarify what is degrading communication quality and to improve the reliability of Ethernet in automotive application. The first step in this research focuses on the 100BASE-TX communication system, which is the most commonly used in 100 Mbps Ethernet technology.
In the conventional electromagnetic compatibility (EMC) test standard [3] and the previous study [4] for automotive application of Ethernet, only the radio frequency (RF) signal and the transient pulse are used as disturbances. However, the typical waveform of interference in an automotive environment is damped oscillation, which is usually generated by the switching operation of power electronics devices. Therefore, continuous pulse disturbances are considered in this paper.
Experimental injection of differential mode disturbances
In general, disturbances from power electronics devices are coupled with the pair of cables as the common mode in the system. The common mode can convert to the differential mode due to multiple imbalances in the system, and the differential mode disturbs signal communication.
The purpose of this paper is to examine how differential mode disturbances degrade the communication quality of Ethernet. Therefore, a differential mode disturbance is directly injected into a UTP cable. Pulse amplitude V p and pulse width t p are changed as parameters of pulse disturbances. Packet error rate (PER), which is measured with an Ethernet tester, is evaluated as the index value of the communication quality.
Injecting differential mode pulse disturbances
The epidermis of a UTP cable are peeled off, and a current probe (CT-6) is inserted via a 300 Ω resistor to inject disturbances. Fig. 1 shows a diagram and an equivalent circuit for the section where the disturbance is applied. The distances between the application point of the disturbance and the terminations are l 1 ¼ 150 mm and l 2 ¼ 750 mm.
The resistor is inserted to prevent a short circuit between differential lines. The differential impedance in the coupling circuit for applying the common mode disturbance is 240 Ω in the EMC test standards for automotive Ethernet [3] , so the resistance value is fixed at 300 Ω (slightly larger than 240 Ω). The resistance value 300 Ω is slightly larger than 240 Ω which is described in the EMC test specification for automotive Ethernet [2] .
Although the insertion impedance of the current probe is 1.1 Ω at 10 MHz and 1.3 Ω at 100 MHz, this impedance is ignored in the equivalent circuit shown in Fig. 1(b) . This is because the insertion impedance is considered to be sufficiently smaller than the impedance of the resistance for the isolation of two wires. 
Effect of measurement system and pulse disturbance
Signal amplitude is attenuated because of the insertion of a 300 Ω resistor between differential lines. The attenuated signal's amplitude can be calculated using the transmission line theory. In Fig. 1(b) , if the inserted resistor is assumed to be Z inp , the characteristic impedance of the transmission line of the left or right side from the connection portion of 300 Ω and current probe is assumed to be Z 1 or Z 2 , and the parallel impedance of Z inp and Z 2 is written as (Z inp == Z 2 ), the voltage transmission coefficient À t at the connection part is obtained as in the Eq. (1).
Since the differential line is terminated in the equivalent circuit, reflection at both ends can be ignored. Therefore, À t is obtained as . Fig. 2(a) shows a comparison between the actual measurement results with and without the insertion of the 300 Ω resistor. With the insertion of the resistor, the amplitude of the Ethernet signal is 0.89 V. Therefore, the validity of À t ¼ 6 7 obtained from Eq. (1) is deemed valid. The injected pulse shown in Fig. 2 (b) has a pulse amplitude of about 290 mV, a pulse width of 10 ns, rise and fall times of 2.5 ns and a frequency of 1 MHz. Fig. 2(c) shows typical signal waveforms with or without a disturbance pulse.
Measurement detail in Ethernet tester
The Ethernet Tester used to measure the PER has two ports, Port A and Port B. The PER is obtained by comparing the signal generated from one port and the signal received by the other port. In the experiments, the test signal is transmitted from Port A and received at Port B. The length of the Ethernet frame is 100 bytes, the interframe gap is 12 bytes, and the test period is 30 seconds. Since the 1 bit time of the signal is 8 ns, a total of 4:2 Ã 10 6 frames are transmitted in one test. Therefore, about 10 À6 PER can be evaluated in this test setup. In addition, the period of the pulse disturbance is 1000 ns (1 MHz). Because one frame time is 6,400 ns, one Ethernet frame collides the disturbance 6 times. The collision frequency is important for estimation of PER [5] . Fig. 3(a) shows the relationship between PER and the pulse amplitude for pulse widths of 5 ns and 10 ns. Each of them shows that the more the pulse amplitude increases, the more the PER degrades. In addition, an error is more likely to occur with a pulse width of 10 ns than at 5 ns. The effect of inserting the 300 Ω resistor results in signal voltage of −0.89 V. Therefore, the pulse at which the amplitude exceeds 390 mV is considered to exceed the logical threshold value of the signal. In the experimental results, although the minimum pulse amplitude causing packet error changes due to the pulse width, the error is caused by a disturbance in which the amplitude almost exceeds the threshold value. In the next section, the PER characteristics against the pulse width of the disturbance is examined.
Pulse amplitude and communication quality

Pulse width and communication quality
The relationship between PER and the pulse width of pulse amplitudes of 371 mV, 406 mV, and 446 mV is shown in Fig. 3(b) . In particular, in each experiment using three disturbance voltages, the figure shows that the PER peaks when the pulse width is about 10 ns. Since the 1 bit time of the signal of 100BASE-TX is 8 ns, the communication quality is considered to be affected most when the pulse width of the disturbance is about 1 bit time of the signal. Four-dimensional (4-D), eight-dimensional (8-D) and more dimensional formats modulation format have recently attracted attention due to their better power efficiency, namely, higher sensitivity considering the data rate, than the 2-D format which has been used in commercial 100 Gbps and beyond per wavelength highspeed optical transmission systems. In such a multi-dimensional format, some components of polarization modes, time-slot modes and/or frequency (wavelength) modes in single-mode fiber as well as IQ modes are comprehensively treated as a single symbol [1, 2] .
On the other hand, coded modulation has been proposed for wireless communication to realize improved performance closer to Shannon limit, where the modulation and coding are combined in a single entity. Bit-Interleaved Coded Modulation Iterative Detection (BICM-ID), which is one of the coded modulations, offers remarkable improvements of BER performance by iteratively exchanging bitwise soft information between a demodulator and a decoder [3] . A few optical transmission experiments have been recently reported using multi-dimensional modulation with the BICM-ID [4, 5] .
In Further, the Extrinsic Information Transfer (EXIT) charts analyses, which characterize the flow of information between a demodulator and a decoder [6] , are shown to be consistent with the BER performance, so that BICM-ID should be carefully designed to derive good performances of multi-dimensional modulations by means of the EXIT chart. To be noted, multi-dimensional formats in [7] , which consist only of combining n consecutive 2-dimensional M-ary symbols are quite different the ones treated in this letter which consist of subsets of the format in [7] to enlarge minimum Euclid distance. Fig. 1 shows the block diagram of BICM-ID system [3] , which is set to exchange bitwise soft information of log likelihood ratio (LLR) up to 10 round trips between a demodulator and a decoder via interleaver and de-interleaver (outer iteration) in this paper. Encoder and Decoder use Low-Density Parity-check Code (LDPC) code defined by Digital Video Broadcasting-Satellite-Second Generation (DVB-S2) [8] with codeword length of 64,800. Two LDPC code rates of 5/6 and of 3/5 are applied to our calculation. Each LDPC code is assumed to have 20 Inner iteration. The length of interleaver is 64,800 highly enough to ensure the LLR values to be uncorrelated.
Calculation model
System configuration
At the optical modulator, firstly one bit and four redundancy bits are respectively generated by following calculations, where 
8-D QPSK: Optical Signal-to-Noise Ratio (OSNR) sensitivities of 4-D and 8-D QPSKs by the above procedures respectively become 3 dB and 6 dB better than that of 2-D QPSK in Symbol Error Rate (SER) performance due to enlarged Euclid distances between symbols. However, these sensitivity improvements in SER are not directly converted to the improvement in Bit Error Rate (BER), since Gray mappings cannot be realized in these multi-dimensional formats [1, 9] . Although the symbol pairs furthest away from each other is set to be inverted binary codes to minimize bit error in the above procedures, one symbol error of 4-D QPSK and 8-D QPSK respectively become 1.5 bit errors and 2 bit errors on average, according to the relations between the numbers of transmitting bits and adjacent symbols. Due to In contrast, Fig. 2(b) shows that BER improvements due to BICM-ID are much smaller at the code rate of 3/5 compared to those at the rate of 5/6 for all nonGrayed mapped formats, though absolute OSNR sensitivities are improved due to the larger overhead of LDPC. OSNR sensitivity differences respectively turn into 1.4 dB and 3.1 dB between 4-D QPSK/8-D QPSK and Gray-mapped 2-D QPSK. These results are respectively converted into only 0.15 dB and 0.1 dB better power efficiency of 4-D and 8-D QPSK. Therefore, it is necessary to carefully design BICM-ID in order to derive good BER performance improvement.
EXIT chart
Figs. 3(a) and (b) show EXIT charts which constitute powerful tools used for designing BICM-ID, which predict the convergence behavior by examining the evolution of the input/output or a priori/extrinsic mutual information (MI) exchange between a demodulator and a decoder in consecutive iterations [6] . As examples, the trajectories of mutual information exchange between natural binary mapped 2-D QPSK demodulator and the decoder are respectively shown by the dotted step type lines in each figure, which respectively move between the broken line and the dotted line with square marks without any intersections. The vertical components of the step type lines represent the demodulator processing, and the horizontal components represent the decoder processing. Each of the trajectories respectively has reached the right edge of the graph, where extrinsic MI value of decoder is 1.0, showing that perfect transmissions were respectively achieved without error with a few iterations corresponding to the number of steps.
In addition to natural binary mapped 2-D QPSK, 4-D QPSK and 8D-QPSK are also able to have trajectories leading to extrinsic MI value of 1.0 in both figures. These three curves have slopes closer to the one of the decoder curve in the left figure than the right figure, so that BICM-ID works more effectively under LDPC code rate of 5/6. On the other hand, each solid line with white marks, representing Gray mapped 2-D QPSK, have no slope in each figure. This shows that no iteration improvement is expected with BICM-ID, because the trajectory would not have plural steps. Under the lower OSNR conditions, all four curves of demodulators in each figure would move downward and cross the decoder curve, so that no error free transmission is performed any more. These features appearing on the EXIT charts are consistent with the results of BER shown in Figs. 2(a) and (b).
Conclusion
BICM-ID with LDPC code rate of 5/6 was shown by numerical calculations to improve BER performances of 4-D and 8-D QPSK, so that the power efficiencies of them respectively get 0.65 dB and 1.0 dB superior to that of Gray-mapped 2-D QPSK, despite the degradation of non-Gray mappings. And the obtained BER performances was shown to be consistent with the result of the EXIT chart.
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Introduction
Carpet cloaking is a technology which can make an object on a ground plane electromagnetically invisible. In 2006, Pendry [1] proposed an approach to design the invisible cloak by using the technique called transformation optics [2] . Such a technique can realize invisibility by the cloak consisting of medium with proper permittivity and permeability. However, it is difficult to fabricate it because the constitutive parameter becomes usually high anisotropic. More recently, a cloaking technology using a reflectarray constructed by resonant elements has been proposed to overcome this disadvantage of transformation optics [3, 4] . By controlling the wave propagation through reflecting elements, it is possible to restore the reflection phase front distorted by a scatterer. In this paper, we propose a carpet cloak using the reflectarray with Ω-shaped elements. A cloaking device using the reflecting elements has very thin thickness, so they are especially suitable for cloaking. Usefulness of the design method and the proposed elements are confirmed by evaluating radiation properties of the designed carpet cloak numerically and experimentally.
Design method
We design a Ω-type resonant element made of strip conductors at the frequency 10 GHz, as indicated in Fig. 1 . This element is easy to increase the strip length in a limited area of the unit cell and has a lot of parameters, so that the ideal reflectionphase property is relatively obtainable. The parameter values shown in Fig. 1 A carpet cloak which arranges periodically optimized reflecting elements provides an additional phase to the wavefront to compensate the phase distorted by a scatterer on the ground plane so that the reflected wave behaves as if there is no scatterer. We consider here conducting bump with the width w ¼ 240 mm and the hegiht h ¼ 35 mm shown in Fig. 2 . To reshape the reflection phase front equal to that from the ground plane, the reflection phase of the reflecting element required at an arbitrary point on the bump φ is given by
where k 0 is the wavenumber in the free space, yðxÞ is the height from the ground plane, and ' 0 is the reflection phase of the ground plane. When the reflection phase determined by (1) is realized on the reflectarray, we can cloak the bump on the ground plane. Fig. 2 shows the designed structure of the carpet cloak, shapes of reflecting elements, and the reflection phase properties. It is clear that the reflecting elements have ideal properties at the design frequency 10 GHz. Therefore, arranging the elements on the bump as shown in Fig. 2 , it is expected that they work as a carpet cloak well.
Radiation patterns
To confirm usefulness of the proposed elements, we fabricated reflectarrays working as the carpet cloak, shown in Fig. 3(a) . Fig. 3(b) shows the calculated and the measured far field radiation patterns for the ground plane, the bump, and the carpet cloak at 10 GHz. The calculated results demonstrate that the proposed carpet cloak substantially suppresses the scattering from the bump. In addition, the measured radiation patterns agree well with the calculated radiation patterns, so effectiveness of the carpet cloak is verified experimentally. 
Conclusions
We have presented reflecting elements for a carpet cloak and have confirmed that these elements provide the amount of reflection phase range more than 360°and have the ideal properties to work as a carpet cloak. A carpet cloak designed by the proposed elements has been evaluated from radiation patterns through numerical and experimental considerations. As a result, the measured radiation patterns agree well with the calculated ones, and effectiveness of the proposed carpet cloak is verified.
PAPR reduction for OFDM systems using pilot derived phase factors Abstract: In this letter, we propose a novel peak-to-average power ratio (PAPR) reduction scheme based on orthogonal pilot sequence (OPS) for orthogonal frequency division multiplexing (OFDM) systems. We change the pilot symbols' phases iteratively according to a set of orthogonal sequences, and use the phases of the pilot subcarriers as the phase factors for data subcarrier groups. The proposed scheme can achieve up to three times more PAPR reduction compared to the conventional schemes without sacrificing side information (SI)-free transmission. Keywords: OFDM, PAPR, energy efficiency, pilot, spectral efficiency Classification: Wireless Communication Technologies
Introduction
Orthogonal frequency division multiplexing (OFDM) is seen as a potential candidate waveform of the fifth-generation networks. The major drawback of OFDM is its high peak-to-average power ratio (PAPR) which degrades bit error rate (BER), out-of-band radiation, and energy efficiency. There has been a plethora of solutions suggested to solve this problem. A survey of the suggested solutions can be found in [1] . Out of these endeavors, most of the existing schemes are spectrum inefficient because they require to send side information (SI). To overcome this shortcoming, a promising PAPR reduction scheme using orthogonal pilot sequence (OPS) is proposed in [2] , where the pilot symbols' phases are generated according to the Walsh-Hadamard (W-H) sequence. The phases are changed iteratively to find the lowest-PAPR providing phase set. An efficient blind phase detection algorithm is proposed which exploits the orthogonality of the pilot symbols' phases, hence it requires no SI transmission. This scheme, however, attains low PAPR reduction due to the limited number of OPSs available in the search space. Since the W-H matrix is a square matrix, the number of available OPSs in the search space is equal to the number of pilot subcarriers. Thus, to achieve more PAPR reduction, it requires to use more pilot subcarriers, which results in the reduction of the subcarriers used for data transmission, causing in turn spectrum inefficiency. To obtain more PAPR reduction, the W-H sequence is replaced by a sub-sampled Zadoff-Chu sequence (SZCS) in [3] . This technique allows using a large number of sequences in the search space, hence achieves more PAPR reduction. However, it needs to send SI. Furthermore, the computational overhead of the SZCS scheme is far greater than that of the OPS scheme. Thus, a rigorous investigation is required to find a scheme which will improve the PAPR reduction capability of the OPS scheme without sacrificing the no-SI transmission feature.
Proposed scheme
In this letter, we propose a new PAPR reduction scheme, called pilot derived phase factor (PDPF) scheme, which achieves more PAPR reduction compared to the OPS and SZCS schemes. It has two forms: modified OPS (MOPS) scheme which is based on the original OPS scheme [2] and modified SZCS (MSZCS) which uses SZCS sequence as the orthogonal sequence. While the MOPS does not need SI, the MSZCS requires. We will refer to the PDPF when something is applicable to both MOPS and MSZCS; otherwise, each will be referred separately.
The block diagram of the PDPF scheme is shown in Fig. 1 . In the PDPF scheme, the available subcarriers are divided into two groups: data subcarriers and pilot subcarriers. Suppose that N d and N p denote the number of data and pilot subcarriers, respectively. Hence, the total number of subcarriers is
The input binary data sequence is firstly converted to a vector of complex numbers,
T , where T denotes matrix transpose operation, according to a mapping technique. The mapped data symbols are partitioned into N p disjoint groups. Suppose that the set G ¼ fg 1 ; g 2 ; g 3 ; . . . ; g N p g consists of all data groups, where g k ¼ ½g k ½1 g k ½2 . . . g k ½N T denotes the k th group. The content of the k th group is given by
, l and k are integers for 0 < l N and 1 k N p , respectively, and γ is the index of the first zero element of g 1 . Actually, γ is equal to the lowest value of l for which g 1 ½l ¼ 0, indicating the location of the first pilot symbol. The parameter ρ is an integer defining the index of a particular element of B, b , copied to g k . The relationship between ρ, l and k is defined as
In MOPS scheme, each group, g k , is then multiplied by the phase factor, q i j;k , where q i j;k is the k th element of the j th W-H sequence of the i th group of sequences.
In the first turn, the k th group is multiplied by the k th element of the first W-H sequence. After the multiplication, the ½ðk À 1ÞR þ þ k À 1 th symbol of the k th group is replaced by the k th pilot symbol of the first W-H sequence to form the k th sub-block. The resulting N p sub-blocks are added together to form a block, S i j , where i is an integer ranging from 1 to I and I equals to 1 and N p for MOPS and MSZCS, respectively, and j ¼ 1 for the first W-H sequence. The newly formed block S i j is then converted to a time-domain (TD) signal by inverse fast Fourier transform (IFFT). Then PAPR of this TD signal is computed and stored along with the signal. Afterwards, a new W-H sequence is generated (the increment of j in Fig. 1 indicates the new sequence generation) . Each of the previously formed groups is multiplied by the respective element of this newly generated W-H sequence, and all the subsequent operations are carried out as before. This loop continues until the target PAPR is achieved or the allowable maximum number of sequence N p is reached. Out of the N p TD signals, the signal having the lowest PAPR is selected and transmitted. Pertinently, the system PAPR determination block of Fig. 1 has no function for the MOPS scheme. It is only used by the MSZCS scheme. The W-H sequence which provides the transmitted signal is detected at the receiver using the algorithm proposed in [2] .
The MOPS is designed to improve PAPR without sending any SI. However, we can further improve the PAPR using MSZCS in which the no-SI requirement is compromised. We generate a number of groups of orthogonal sequences using Zadoff-Chu sequence, and each group consists of N p sequences with each sequence consisting of N p elements. For I groups, a Zadoff-chu sequence of IN 2 p elements are generated, which is followed by a sub-sampling which in turn is followed by an interleaving. The process of the whole sequence generation is given by 
where v is an integer ranging from 0 to IN 2 p . Then, the sub-sampling is carried out. The u th element of the j th sequence in the i th group is produced using the following interleaving rule [3] :
All sequences in a particular group, generated following Eq. (4), are orthogonal to each other [3] . For a particular group i, the MSZCS scheme works similarly to the MOPS scheme: for each sequence of the group, it produces a TD signal along with its PAPR; thereby, each group provides N p TD signals with N p PAPRs. Of them, the signal having the lowest PAPR is stored, and the next group of SZCS sequences is tried, which is shown in Fig. 1 by the increment of i. Thus, this procedure gives I TD signals with PAPR, one from each group. Of them, the lowest-PAPR providing signal is transmitted, and the index of the group which contributes the transmitted signal is transmitted as SI. It requires to send log 2 ðIÞ bits as SI. Since the SI is usually not included in the OFDM block and is transmitted separately, its transmission does not affect the PAPR of an OFDM signal. Knowing the lowest-PAPR providing group index, i, the receiver uses the OPS detection algorithm [2] to find the i th group's j th sequence which provided the lowest PAPR signal.
Performance evaluation
We evaluate the proposed system's performance in terms of PAPR, BER, and computational complexity. The simulation parameters are as follows: 64 subcarriers, 4 or 8 pilot subcarriers, 4-times oversampling, 3 Â 10 5 OFDM symbols, and quadrature phase shift keying (QPSK) modulation. Fig. 2(a) shows the comparative PAPRs of MOPS scheme using complementary cumulative distribution function (CCDF). It is evident that MOPS can achieve more PAPR reduction compared to both OPS and SZCS. At a CCDF level of 10 À4 with N p ¼ 4, it achieves three times and 40% more PAPR reduction compared to the OPS and SZCS, respectively, from the original OFDM. It also reveals that the use of more pilot subcarriers results in more PAPR reduction. PAPR of the MOPS scheme with N p ¼ 4 is less than that of the OPS and SZCS with N p ¼ 8. Since using more subcarriers as pilot reduces data subcarriers, MOPS achieves better spectrum efficiency compared to both schemes. Pertinently, the SZCS achieves PAPR reduction compromising the no-SI transmission while MOPS does not compromise it. The PAPR reduction performance of the MSZCS scheme is investigated in Fig. 2(b) for I ¼ 32. The MSZCS outperforms the SZCS. For N p ¼ 4, it improves PAPR by 45% compared to the SZCS. When the number of pilot subcarriers increases, it still outperforms the SZCS by 0.51 dB. One interesting point is that the PAPR achieved by the SZCS for N p ¼ 8 can be obtained by the MSZCS using only four pilot subcarriers. Thus, for a given PAPR performance, the MSZCS is more spectrum efficient. In terms of BER, the PDPF has almost the same performance as the OPS and SZCS schemes as is revealed from Fig. 2(c) . Thus, we can say that the PDPF improves PAPR significantly without markedly affecting other performance factors.
In computational complexity comparison, the computations that are common in all schemes are not considered. Table I gives the computational complexity comparison, where
MOPS scheme is found slightly more complex than the OPS scheme in case of multiplications. For N ¼ 64, N p ¼ 4, and I ¼ 16 in case of the SZCS scheme, the MOPS scheme requires 94% and 97% less addition and multiplication operations, respectively, compared to the SZCS scheme. The MSZCS scheme has slightly more computational complexity compared to the SZCS scheme.
Conclusion
In this letter, we proposed a new PAPR reduction scheme for OFDM systems by using the phases of pilot subcarriers as phase factors. Through simulations, the 
Introduction
Distributed Raman amplification (DRA) has been intensely studied as a powerful technique that can significantly improve the optical signal-to-noise ratios of optically amplified wavelength-division-multiplexed (WDM) transmission systems [1, 2, 3] . In recent years, DRA technology has been also applied to some multicorefiber transmission systems [4, 5] . In a terrestrial Raman amplified WDM transmission system, which has an optical fiber transmission line installed in the field, the spectrum of the Raman gain coefficient (g) must be measured in an accurate and safe manner in order to confirm the feasibility of the system [2, 3] . In the conventional measurement methods, polarization-multiplexed laser-diode (LD) pump light sources (LSs) with optical powers greater than ∼100 mW were used to obtain accurate values of g [1, 2, 3] . In this paper, we propose a novel method that can accurately and safely measure g of a field transmission line using a singlepolarization LD pump with a significantly low and eye-safe power of ∼0.35 mW at a Raman gain as small as 0.01 dB. In the proposed method, we have accurately obtained g by detecting the spontaneous Raman scattering (SpRS) power emitted from the transmission fiber.
Experimental configuration
The experimental configuration is shown in Fig. 1 . Two spools of 20-km singlemode fiber (G.652.D, SMF-1 and -2) with a total length of 40 km (SMF DUT ) were pumped by a pump LS. The pump LS was a single-polarization LD module for our proposed method (called "SpRS method" in this paper) or was a polarizationmultiplexed module with two LDs for the conventional pump on-off method [1, 2, 3] . Each LD had an external cavity configuration with a fiber Bragg grating (FBG) reflector; thus, the LD is called an "FBG LD." The wavelength of the pump LS wavelength was 1455 nm. The distributed Raman gain (G) in units of dB is defined as the difference in the signal output powers with and without Raman pumping, P s;with and P s;without , respectively, in units of dBm, i.e., G ¼ P s;with À P s;without . The signal light was emitted from a tunable light source (TLS). The output signal power and SpRS power were measured by an optical spectrum analyzer (OSA, Anritsu MS9740A). A polarization scrambler (PS) was placed after the TLS to accurately measure the signal light power launched into the OSA by averaging the states of the signal polarization. The pump light emitted from the pump LS was coupled to SMF DUT via a wavelength-selective coupler placed after the pump LS (WSC-b). Then, the pump light emitted from SMF DUT was launched into an optical power meter (PM) via another wavelength-selective coupler placed after SMF DUT (WSC-f ). The PM was used to monitor the pump power launched into SMF DUT (P pin ). A variable optical attenuator (VOA) was placed after the pump LS to adjust P pin . Three optical isolators (ISOs) were placed in the experimental setup in order to suppress the excess noise caused by some residual reflections. In the proposed SpRS method, G is numerically calculated using the measured power of the spontaneous Raman scattering emitted from SMF DUT (P n ). The values of G measured by the SpRS method and conventional method are denoted as G SpRS and G on-off , respectively.
Experimental results
G is expressed as follows when the depletion in the pump power is negligible:
where L eff is the effective length [1, 2, 3, 6] . G has a spectral peak at a signal wavelength (λ) of 1554.0 nm, which was measured using the conventional pump on-off method so that G on-off ¼ 3:92 dB at P pin ¼ 121 mW. We further measured the spectra of G SpRS at several predetermined target values of G (G target ) at ¼ 1554:0 nm. G target was set to 2, 1, 0.5, 0.2, 0.1, 0.05, 0.02, 0.01, 0.005, 0.002, and 0.001 dB. The target value of P pin at each value of G target was determined by Eq. (1) using the set of measured values of G on-off of 3.92 dB and P pin of 121 mW. The differential equation for the SpRS power P n propagating in the axial z direction in SMF DUT in the case of the SpRS method is given by
where n is the loss coefficient of the SpRS light; h is Planck's constant; p and n are the frequencies of the pump light and SpRS light, respectively; Á n is the bandwidth of the SpRS light; N k is the phonon occupation number:
T is the absolute temperature; g is the Raman gain coefficient averaged over two polarization states; g Ã ðzÞ is the local Raman gain coefficient for single-polarization pumping; and P p Ã ðzÞ is the local power of the pump light with a single polarization state. g Ã ðzÞ takes values between g o and g p , which are the Raman gain coefficients for the orthogonal and parallel polarization configurations, respectively [6] . g is equal to the average of g o and g p . We employed the following approximation for g Ã ðzÞ. It is considered that the pump light and SpRS light have fairly randomized polarization states in SMF DUT . Moreover, the second term on the right-hand side of Eq. (2) has a small contribution to the calculation when G is small, as in the case of this experiment: g Ã ðzÞ ¼ g.
The SpRS power at the output of SMF DUT (P n;out ) was measured by the OSA. We define P n;out to be the power at the point (SMF out ) just inside the fusion splicing point between SMF DUT and WSC-b (point A in Fig. 1 ). G and g were obtained by numerically solving Eq. (2) with the measured powers of P n;out . The temperature near SMF DUT was ∼25°C (T ¼ $298 K).
Let the optical power P n;out at a wavelength of λ be P n;out ðÞ. The measured optical spectra of P n;out ðÞ in dBm at the several values of G target from 2 to 0.001 dB are shown in Fig. 2(a) . The wavelength resolution, the video bandwidth, and the number of sampling points per nanometer were 0.927 nm, 10 Hz, and 10, respectively. The ripples in P n;out ðÞ in the low-power region of Fig. 2(a) were caused by the system noise of the OSA, i.e., the noise generated when no light was launched into the OSA. The depth of each spectral ripple increased as P n;out ðÞ decreased. The Raman gain spectra obtained by the SpRS method (G SpRS ðÞ) that were obtained from the measured P n;out ðÞ spectra are shown in Fig. 2(b) at the same values of G target from 2 to 0.001 dB. The ripples in G SpRS ðÞ in the low-gain region are straightforwardly attributed to the ripples in P n;out ðÞ ( Fig. 2(a) ). Fig. 3 shows characteristics of G and g. We obtained the spectral peak gain (G SpRS; peak ) as the average value from 1553.5 to 1554.5 nm. Let the relative gain accuracy at ¼ 1554:0 nm at each target gain G target in percent be ÁG rel ¼ ððG SpRS; peak =G target Þ À 1Þ Â 100. Moreover, let the maximum and minimum gains in the wavelength range from 1553.5 to 1554.5 nm be G max and G min , respectively. Let the relative spectral gain variation at ¼ 1554:0 nm at each target gain G target in percent be ÁG spec ¼ ðG max À G min Þ=G SpRS; peak Â 100. ÁG rel and ÁG spec are plotted as a function of G target in Fig. 3(a) . As shown in the figure, the absolute value of ÁG rel increased as G target decreased. Moreover, ÁG spec increased as G target decreased. This is because the depths of the ripples in the P n;out ðÞ spectra (Fig. 2(a) ) increased as G target decreased. The absolute values of both ÁG rel and ÁG spec increased as G target decreased and were as small as less than 5% in the G target range from 2 to 0.001 dB. Moreover, the relative accuracy of and the spectral variation in g (Ág rel and Ág spec ) at ¼ 1554:0 nm in percent are equal to those of G, ÁG rel and ÁG spec , as shown in Fig. 3(a) , because of the relation between G and g in Eq. (1). G SpRS and G on-off as a function of the measured pump power (P pin0 ) are shown in Fig. 3(b) for G target from 2 to 0.001 dB. P pin0 was measured at the opticalconnector splicing point between the VOA and WSC-b (point B in Fig. 1 ). G on-off was measured for G target from 2 to 0.5 dB, whereas G SpRS was measured for G target from 2 to 0.001 dB. The Raman gains calculated using Eq. (1) (G c ) are also shown in Fig. 3(b) . As shown in Fig. 3(b) , the three gains, G on-off , G SpRS , and G c , show good coincidence.
The spectra of g were calculated by Eq. (1) using the measured Raman gains G SpRS shown in Fig. 2(b) and P pin and are shown in Fig. 3(c) for typical values of G target of 0.1, 0.01, 0.005, 0.002, and 0.001 dB. The spectral peak value of g at each value of G target (gðG target Þ) was normalized by that of g(0.1 dB) and added to the shifts of 0.4, 0.3, 0.2, 0.1, and 0 (without a shift) for G target ¼ 0:1, 0.01, 0.005, 0.002, and 0.001 dB, respectively. The spectral peak value of g(0.1 dB) was 0.44 km
The values of P pin0 from the pump LS launched into WSC-b were 3.5, 0.35, and 0.035 mW at G target ¼ 0:1, 0.01, and 0.001 dB, respectively. Therefore, we can obtain the g spectra at significantly lower pump powers using the proposed SpRS method compared with the conventional method, which requires pump powers greater than ∼100 mW. When G SpRS ranged from 0.1 to 0.001 dB (from 2.3% to 0.023% on a linear scale), G SpRS was so small that the amplification of the SpRS light was negligible. As for the typical performance of the proposed SpRS method, we obtained an accurate g spectrum at a small value of P pin0 of Fig. 3 . Raman gain (G) and gain coefficient (g) characteristics: (a) relative differences of G and g, (b) G as a function of the pump power, and (c) normalized spectra of g.
0.35 mW with G SpRS ¼ 0:01 dB, which is more than ∼100 times smaller than that needed for the conventional method (more than ∼100 mW), with Ág spec ¼ 0:7% and Ág rel ¼ 2:9% ( Fig. 3(a) ).
Conclusion
We have proposed a novel method that can accurately and safely measure the Raman gain coefficient spectrum by detecting the spontaneous Raman scattering power emitted from a transmission fiber. With the proposed method, we have successfully obtained an accurate Raman gain coefficient spectrum using a singlepolarization LD pump LS with a significantly low and eye-safe power of ∼0.35 mW at a Raman gain as low as 0.01 dB. 
Introduction
In satellite communications, uplink interference from unknown emitters has become one of the major issues. In [1] , the authors have proposed a method based on the dual-satellite TDOA/FDOA localization technique to locate unknown emitters on the earth surface. The proposed method utilizes a priori knowledge on satellite orbital information. In [2, 3] , the authors have pointed out that accurate satellite ephemeris information is essential for the localization accuracy. To improve accuracy, an ephemeris calibration method is proposed in [4, 5] . As shown in Fig. 1 , the authors utilize multiple known emitters and estimate the ephemerides of two satellites simultaneously. However, although this method seems promising, the authors have not provided any theoretical error bound for the calibration accuracy. Therefore, it requires a trial-and-error analysis to evaluate the resulting geolocation accuracy when the calibrated information is used. Error analysis in time and spatial coordinates has been of special interest to estimate the system design. In this paper, we provide an intensive theoretical error analysis. First, we derive the ephemeris calibration error covariance matrix. Second, we incorporate it into the geolocation error covariance matrix. By evaluating the proposed equations, we show the calibration performance both in time and spatial coordinates.
2 Ephemeris calibration error covariance matrix for TDOA/FDOAbased geolocation
Satellite ephemeris calibration
The position and velocity vectors of the two satellites at time t k are defined as k ¼ ½p the ascending node, and inclination, respectively [7] . Since k is a function of and t k , we can express ð k Þ and fð k Þ as k ðÞ and f k ðÞ. Then, using the definitions above, we solve the following optimization problem [4, 5] : 
Deriving the ephemeris calibration error covariance matrix
By following the method in [6] and after solving the optimization problem in Eq. (3), the ephemeris error covariance matrix P can be expressed by the following equation:
where Ef:g is the expectation operator and b : is the estimated value. The detailed expression of G k ðÞ is omitted due to space limitation and can be found in [5] . The error covariance matrix P k of the position-velocity vector k can be defined as follows:
G ! k ¼ r x s1;k ðÞ ÁÁÁ r _ z s1;k ðÞ r x s2;k ðÞ ÁÁÁ r _ z s2;k ðÞ
A detailed expression of Eq. (7) is described in [5] . Using Eqs. (6) and (7), the error equations ERR si;pos;k and ERR si;vel;k for positions and velocities of the two satellites i at time t k are obtained as follows: 
2.3 Incorporating ephemeris calibration error covariance matrix into geolocation error covariance matrix In the following, we omit the time index k because the geolocation requires only a single set of TDOA and FDOA and no multiple sets as we have seen for the ephemeris calibration. The position vector of the unknown emitter location p int is estimated using the position and velocity vectors p si and v si of the two adjacent satellites and by simultaneously solving the following equations with the constraint that the unknown emitter is located on the earth surface:
where x int;surf is a deviation in position on the earth surface. With P int;surf ¼ Efx int;surf x int;surf T g, Eq. (16), and Eq. (21), the geolocation error covariance matrix P int;surf becomes:
The error equation for geolocation is obtained as follows:
ERR int;surf ≐ ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi P int;surf ð1; 1Þ þ P int;surf ð2; 2Þ p :
As shown in Eq. (16), the ephemeris error covariance matrix is incorporated in the error equation for geolocation.
3 Errors analysis of ephemeris calibration and geolocation
Simulation setting
In this section, we numerically evaluate theoretical error bounds in time and spatial coordinates. We assume two geostationary satellites located at 158 E and 162 E, respectively. The orbital elements are obtained via NORAD resources [7] . The TDOA and FDOA accuracy is 1 µs and 1 mHz, respectively. The reference locations are Tokyo, Kobe, Sapporo, and Fukuoka whose uplink frequencies are 14 GHz. Tokyo is set as p r0 . The measurement interval and the measurement time length are 10 min and 24 h, respectively. The calibrated orbital elements are used for computing the orbit for geolocation at a specified time. For error analysis in time coordinates, we fix the location of the unknown emitter at Niigata, and the geolocation is conducted every 20 min. Both theoretical and Monte Carlo simulations of 1000 trials are evaluated. For error analysis in spatial coordinates, we fix the orbital time at 12 h and evaluate the theoretical error for the region around Japan and its surrounding seas.
Simulation results
Figs. 2(a)-(c) show the calibration and geolocation errors versus time. (a) and (b)
show the #1 and #2 satellites' position and velocity errors, and (c) the geolocation error. In (d) and (f ), the theoretical geolocation error map is shown. (d) shows the error map without calibration and (e) with calibration. In (f ), the difference between with and without calibration is shown. From (a) and (b), we first note that the theoretical and Monte Carlo results are in good agreement. Therefore, the derived equation can be applied to evaluate calibration and geolocation performances. From (c), we notice periodic peaks every 12 h. This is because the TDOA and FDOA lines align parallel to each other during this points in time. The resulting locations cause a large error along the two lines. Similar results are discussed in [1] .
Comparing (d) and (e), we confirm that by using the calibration results, the error has been reduced at all mentioned locations on earth. Further, the closer the reference station, the more the geolocation error is reduced. This is due to the satellite ephemeris-error-canceling effect by using known reference emitters. Regarding (f ), it is worthwhile to mention that the farther the region from the reference position, the larger the difference in geolocation error. This implies that in regions with a marginal canceling effect, the ephemeris error causes a large geolocation error. Therefore, calibration is crucial in these regions.
Conclusion
In this paper, we have provided a mathematical foundation to predetermine the performance of the dual-satellite geolocation system. First, we have derived the ephemeris calibration error covariance matrix and incorporated it into the geolocation error covariance matrix. Based on the theoretical result, we showed the ephemeris calibration performance both in time and spatial coordinates. The results coincide with the Monte Carlo simulation results. Fundamental study on almost periodic frequency arrangements for supermulti-access radio communication systems
Isao Nakazawa a) and Ken Umeno Abstract: In this paper, we investigate the almost periodic frequency arrangement (APFA) asynchronous system for super-multi-access radio systems, and APFA configuration procedure on a frequency domain multiplex scheme by using almost periodic function (APF). We report on the relationship between the total number of prime numbers, the number of sub-carriers, and the normalized frequency standard deviation for a system with up to one million users. By using computer simulations, we show the multi-carrier modulation and asynchronous demodulation based on APFA, in which ICI interference by nonlinear elements is improved compared with the orthogonal frequency-division multiplexing (OFDM). Keywords: chaotic spreading sequence, almost periodic function, almost periodic frequency arrangement, super-multi-access radio communication system Classification: Wireless Communication Technologies
Introduction
To face an age of the Internet of things (IoT) and machine to machine (M2M) communication, the transition to multi-layered, heterogeneous, and seamless networks will form a foundation for future of the communication systems. Recently, chaotic spreading codes generated by almost periodic functions (APFs) were reported to be advantageous for super-multi-access communication systems [1, 2] . Simulations were performed for applications to satellite communications and it was shown that the almost periodic frequency arrangement (APFA) has different characteristics compared to periodic signals. More recently, we reported on the applicability of the APFA method for radio communication systems [3, 4] .
In this paper, we explain the fundamentals, method of modulation and demodulation, and features of APFA generated by the Weyl function [5] . Since APFA is specified based on the reference frequency allocation, it is also possible for an arrangement to have an orthogonal frequency-division multiplexing (OFDM) frequency allocation or an arbitrary frequency allocation. The normalized frequency standard deviation (' M ) of the frequency difference between the reference and the APF frequency is used to represent their degree of similarity. Moreover, by using simulations we show that inter-carrier interference (ICI) is significantly reduced by more than 3 dB of suppression as compared to that in the OFDM scheme.
Application of the APF to the frequency band
APFs were first introduced in the study of spread spectrum communications in 2014 [1] , where the functions for generating spreading sequence were studied originally in 1924, by H. Bohr as an extension of conventional periodic functions as represented below.
where fðxÞ is a complex function, x is a real parameter, and τ is a distance from x on fðxÞ that belongs to ε as a positive number. In the case of " ¼ 0, Eq. (1) corresponds to the condition for periodic functions. The minimum value of the period τ is called the fundamental period. Features of spread spectrum communication based on APF function and the performance of super multiple access communication system using APF codes were presented previously [1, 2] . Therefore, we attempt to generalize the Weyl sequence to show a uniform distribution that is the same as that of the Weyl function shown in this paper.
The Weyl sequence using an irrational number generated from the power root of a prime number is expressed by the following equation.
where k is a natural number of root, p is an arbitrary prime number, and l is a natural number. The amplitude distribution of x l ðk; pÞ is uniformly distributed over ½0; 1Þ, where the parenthesis ð Þ is an open interval and the bracket ½ is a closed interval. We have chosen prime numbers as an index to maintain independence amongst the power root sequence of natural numbers. By extending (2), a uniform distribution with a real number r instead of a natural number l can be expressed by the formula. 
The number %ðN Þ of prime numbers less than or equal to a natural number N is expressed by the well-known prime number theorem as follows.
%ðN Þ % N= lnðN Þ; ð4Þ
where lnðN Þ is the Napierian logarithm. Here, defined as P N :¼ %ðN Þ, hereafter it is expressed in P N . While Eq. (4) is not a particularly good approximation, however it is sufficient for simulations of performance evaluation of the APFA in terms of the number of prime numbers. The probability of prime gaps Áp between two successive prime numbers is shown in Fig. 1(a) , where the P N ¼ 5 Â 10 8 . In the figure, the vertical axis represents the probability PrðÁpÞ on a logarithmic scale and the data are dispersed with respect to linear regression line. The center line of the data is a straight red line obtained by the linear regression, as follows. Then, the standard deviation ' p of prime gaps Á p is 6.58 from Fig. 1(a) . The distribution of the Weyl APF sequence generated from the prime number sequence is important in determining the APFA.
In this paper, we define APF frequency (APFF) using (3) as below.
The APFF f k ðpÞ is almost discrete, and uniformly distributed over the normalize frequency band ð0; 1Þ in (6). Fig. 1(b) shows the probability mass function (PMF) of adjacent APFF intervals corresponding to scatter diagrams of adjacent APFF with k ¼ 2. Here, the logarithmic scales are used for both the vertical and horizontal axes and the number of prime numbers is P N , where P N ¼ 5 Â 
APFA characteristics
Multi-carrier communication systems arranged at frequencies represented by the OFDM method are known to have an inter-carrier interference (ICI) caused by the deterioration of sub-carrier orthogonality that can result from hardware imperfection. We evaluated the ICI of the OFDM and APFA system using computer simulations. Fig. 3(a) shows the constellations of the transmission signal of a sub-carrier frequency configuration. Here, ' T is the standard deviation of transmission signal TXðtÞ in (11). Here, Code d is a modulation code and d is a phase shift for user d due to asynchronism of the APFAs.
Code d e j2%APFF k ðd;P N Þtþj d :
For the demodulation, we use the same APFF as the transmission system and detect the code of the modulation from the complex cross correlation ρ with the receiving signal R x ðtÞ and reference signal S m ðtÞ. In multi-carrier communication schemes such as OFDM, a very large peak of signals is inevitably generated by the combination of codes to be transmitted. The sub-carrier is degraded by ICI due to saturation of the transmitting amplifiers. The transmission signal TX 0 ðtÞ at output of the transmitter is then given by (13), where s is ratio of the saturation level and ' T of transmission signal TXðtÞ. 
The ICI-ratio of the intermodulation products of the OFDM and APFA method is expressed as shown in (14). Here, i Om and j Om are the n-th real part and imaginary part of sub-carrier vector by saturation amplifier in the OFDM, i Am and j Am are in the APFA by saturation amplifier, and I Om , J Om , I Am , or J Am are the m-th real or imaginary part without saturation amplifier respectively. 
ICI-ratio
We evaluated the ICI-ratio (in dB) of the OFDM and APFA systems using computer simulations. Fig. 3(b) shows ICI-ratio of the OFDM to the APFA due to saturation of levels s ¼ 1:1, 1.3, and 1.5 for the cases of 64 to 131,072 subcarriers. The ICI of APFA system shows more than 3 dB improvement, which is much better than that of the OFDM system with 64 to 131,072 sub-carriers. This shows that APFA asynchronous systems are generally more robust than synchronous OFDM systems coming from asynchronous characteristic.
Conclusion
We investigate the APFA asynchronous system for super-multi-access radio communication. We applied an APFA configuration procedure to a frequency domain multiplex scheme by using APFs. We determined the relationship between %ðN Þ, number of sub-carriers M, and the normalized frequency standard deviation ' M ðk; %ðN ÞÞ for a system of up to one million users. By using computer simulations we showed that ICI of APFA method is fairly reduced with more than 3 dB suppression as compared to that in the standard OFDM method. 
